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Zusammenfassung

In dieser Arbeit werden phasenrauscharme, monolithisch integrierte SiGe HBT
Push-Push-Oszillatoren fiir Frequenzen im Millimeterwellenbereich untersucht.
Nichtlineare Simulationsmethoden zur Signal- und Rauschanalyse von Oszillato-
ren und Transistoreigenschaften bei hohen Strémen und Spannungen werden dis-
kutiert. Push-Push-Oszillatoren mit Ausgangsfrequenzen von 63 GHz bis 280 GHz
wurden entworfen, und nachdem sie in einer externen Technologie realisiert wurden
auch experimentell untersucht. Fiir die Anwendung in Kraftfahrzeug-Radar wurde
ein VCO mit einer Mittenfrequenz von 78.5 GHz und einem Abstimmbereich von
6.4 % realisiert. In diesem Frequenzbereich erzielt die Schaltung eine Ausgangsleis-
tung von 4.0 + 0.4 dBm bei sehr niedrigem Phasenrauschen, das bei einer Ablage-
frequenz von 1 MHz unter —105 dBc/Hz liegt. Ein Oszillator mit einer Ausgangsfre-
quenz um 278 GHz erzielte eine Ausgangsleistung von —20 dBm.

Abstract

In this thesis low phase noise SiGe HBT monolithically integrated push-push os-
cillators for millimeter wave frequency generation are investigated. Nonlinear sim-
ulation methods for oscillator signal and noise analysis and device physics at high
currents and high voltages are discussed. Push-push oscillators with output frequen-
cies from 63 GHz up to 280 GHz were designed and after fabrication in an external
foundry investigated experimentally. For automotive radar applications a VCO with
a center frequency of 78.5 GHz and a tuning bandwidth of 6.4 % has been realized.
Within this range the output power is 4.0 + 0.4 dBm and a very low single sideband
phase noise level below —105 dBc/Hz at 1 MHz offset is achieved. An oscillator with
an output frequency around 278 GHz achieved an output power of —20 dBm.
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Chapter1
Introduction

1.1 Millimeter Wave Oscillators

In future millimeter-wave' and submillimeter-wave applications as high-resolution
radars, biological and chemical sensors and wide bandwidth communication sys-
tems the key components are compact, reliable low noise sources [1]. Monolithic mi-
crowave integrated circuits (MMIC) can obtain the required performance for most
of these systems combined with small sizes, low weight and high reliability. Tradi-
tionally at these frequencies microwave tubes and microwave diodes have been used.
However, nowadays the advances in transistor technologies allow realizing transistor
based millimeter wave oscillators. While at first mainly III/V semiconductor tran-
sistors have reached the millimeter wave frequency range, the latest developments
in SiGe heterojunction bipolar transistors (HBTs) [2-5] allow the SiGe technology
to compete now with III/V based technologies at these frequencies. Tube and diode
based oscillators have been pushed back to high power applications and to extremely
high frequencies.

The low noise level at low frequencies (LF) and the resulting low oscillator phase
noise are areas in which SiGe HBTs generally outperform III/V HBTs or high elec-
tron mobility transistors (HEMTs) [6]. The significant lower costs of SiGe chip area
can reduce the prices of millimeter-wave systems and thus it has the potential to
open mass markets for consumer systems at millimeter-wave frequencies.

The integration of complete oscillator circuits on a chip reduces costs in mass pro-
duction and enables to integrate other functionalities on the same chip. This way

Millimeter-wave denotes the frequency range, where the free space wavelength is between 1 mm and
10 mm, i. e. from 30 GHz to 300 GHz
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expensive interconnects are avoided, the reliability is increased and the total system
size shrinks. The realization of complete systems on chip (SoC) for millimeter ap-
plications is therefore advantageous.

Integrated realizations, however, require more than discrete assemblies a precise
circuit modeling, since a tuning of the dimensions of circuit elements after produc-
tion is very limited. Due to the nonlinear behavior of oscillator circuits, a nonlinear
circuit simulation is indispensable. In section 2.1 therefore simulation methods for
determining the oscillators steady state are considered.

Besides the deterministic characteristics as output frequency and output power
in oscillator circuits, the stochastic parameters are of interest. The oscillator phase
noise e. g. is one of the key requirements in high-resolution radar systems. Therefore,
in the design of oscillators not only the deterministic quantities, but also the noise
behavior needs to be considered. Hence, in section 2.2 methods for the analysis of
oscillator phase noise are investigated.

1.2 State of the Art of Integrated Millimeter Wave
Oscillators

In the last decade several MMIC:s for signal generation at millimeter wave frequen-
cies have been realized. Many of these oscillators are produced in ITI/V semiconduc-
tor based technologies, but recent years have proven that advanced Si based devices
are capable of producing signals in the millimeter wave frequency range.

Figure 1.1 shows the state-of-the-art output power and measured single side band
phase noise level of integrated oscillators for signals from 40 GHz to 100 GHz. The
circuits [14, 19, 25-29] are push-push oscillators and [7-13, 15-18, 20-24] are fun-
damental frequency oscillators. In the designs of [7, 13, 16, 18, 20-22, 24] output
buffers are used. The oscillator in [14] is hybrid integrated, while all other circuits
are MMICs.

It can be seen that the lowest phase noise levels are obtained by using HBTs. The
use of the push-push oscillator topology and investigations on the noise behavior
have allowed to achieve superior phase noise levels with the oscillators realized in
this work [25-30].

At frequencies above 100 GHz the number of published MMIC oscillators is lim-
ited. To the authors knowledge the comparison in Figure 1.2 of output power and
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Figure 1.1: State-of-the-art output power P and single side band phase noise level
Pssp at 1MHz offset frequency for integrated transistor based oscillators
in the frequency range from 40 GHz to 100 GHz (¢ GaAs HBT, * InP HBT,
x GaAs HEMT, v GaAs HFET, a CMOS, ® GaN HEMT, o SiGe HBT and
m SiGe HBT that are presented in this work).
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above 100 GHz (* InP HBT, x GaAs HEMT, o InP HEMT, a CMOS, o
SiGe HBT and = SiGe HBT that are presented in this work).
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measured single side band phase noise levels of transistor based oscillators for these
frequencies is complete. The circuits in [31-34, 40-42, 44-46] are push-push os-
cillators and the circuits in [35-39, 43] are fundamental frequency oscillators. In
[34-36,39,42,45] and for the unpublished oscillator of this work (see section 5.2.2)
no reliable phase noise measurement data are given. For oscillators where the phase
noise is measured at another offset frequency (e. g. at 10 MHz) the measured data is
scaled by 20 dB per decade to allow a comparison in the Figure.

The oscillator in [46] that has been developed within this work has been the first
HBT based oscillator giving an output frequency above 150 GHz. The output power
of the 190 GHz signal is with —4.5dBm in the same range as previously published
oscillators operating below 150 GHz. In addition, the measured phase noise level
coincides with the performance of previously published oscillator data operating at
lower frequencies.

To the authors knowledge the InP D-HBT based push-push oscillator described
in [42] shows with 215 GHz the highest output frequency of any transistor based and
of any MMIC oscillator published up to now. With the unpublished oscillator at
278 GHz that also originates from this work, the first transistor based oscillator with
an output frequency beyond 215 GHz has been realized.

For the generation of higher frequencies diodes and microwave tubes are used.
In [47] Eisele et al show InP Gunn diode based oscillators, operating in a second
harmonic mode that give an output power of —1.5dBm at 333 GHz. In [48] GaAs
TUNNETT diodes oscillating at frequencies up to 655 GHz in fundamental mode
and giving an output power of —61dBm are reported. The main drawbacks of these
diode based signal generators compared to MMIC transistor based solutions are,
however, the low tunability of the output frequency and the expensive mounting
techniques required for the connection to waveguide resonators. When high output
high powers are required tubes are used. Usually they cannot compete in size, weight
and costs with solid-state circuits.

1.3 Contents of this work

In this work monolithic integrated SiGe push-push oscillators for automotive radar
applications in the frequency range around 77 GHz and for signal generation at much
higher frequencies, i.e. at 190 GHz and 278 GHz, are presented. In the design of
the oscillators, the main attention is paid on a low phase noise level of the output



Introduction 8

signals. By using SiGe HBT technology in combination with the push-push oscillator
principle, low phase noise levels are achieved.

In chapter 2 methods for calculating the oscillators steady state signals and its
noise behavior are investigated. Focus is put on the oscillator phase noise at har-
monic frequencies since in a push-push oscillator the second harmonic signal con-
tent is coupled to the output. The conversion matrix approach by Anzill [49,50] for
the analysis of oscillator phase noise in frequency domain by perturbation method
is therefore generalized for arbitrary harmonics.

Chapter 3 describes the push-push oscillator principle, gives an expression to es-
timate the gain in phase noise that is achieved by push-push oscillators compared
to fundamental frequency oscillators and gives a procedure for the design of such
oscillators.

The succeeding chapter outlines the boundary conditions in the circuit design
within this work. The fabrication technology and the active and passive compo-
nents that can be realized with this process and that are used for the oscillator design
are described. For achieving high amplitude swings possible driving conditions for
the SiGe HBTs are analyzed with respect to the device physics at high currents and
high voltages. Passive circuit elements as spiral inductors and transmission lines are
considered by means of full-wave analysis. In chapter 5 finally the design and the
experimental results are exemplarily presented for some of the realized circuits.



Chapter 2

Oscillator Signal Analysis

The signal analysis of an oscillator is generally divided into two parts: The calculation
of the limit cycle for the unperturbed oscillator and based on that, the determination
of the noise properties of the perturbed oscillator. From these two steps follows the
structure of this chapter: First methods for the determination of the steady state
are investigated. Thereafter different methods for the oscillator noise analysis are
considered, while the focus is put on the conversion analysis approach in frequency
domain.

2.1 Determination of the steady state

2.1.1 Linear Analysis of Oscillators

In an electronic oscillator a DC input power is transformed to a periodic output
signal with a specific fundamental frequency and a constant amplitude. This basic
behavior cannot be realized or modeled by linear circuit models [51]. The linear
consideration, however, allows to analyze the stability of a circuit and thus to prove
the condition for the startup of an oscillation.

A linear system is stable when the transfer function of the form

In?(s +2Zm)
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B(s)

() —
Figure 2.1: Feedback oscillator model

has no poles in the right half of the complex frequency plane s. When poles with
positive real parts exist, the response to a small transient excitation is an exponen-
tially growing signal. The linear circuit theory cannot predict the amplitude growth
of this signal, as it is limited by nonlinear effects. For an oscillation with a constant
amplitude a pole on the complex frequency axis R{s} = 0 is required. This, however,
cannot be realized exactly in a linear system due to uncertainties in device dimen-
sions [51].

For the linear analysis of an oscillator circuit two methods are commonly used:
The positive feedback model and the negative resistance model. Figure 2.1 shows the
feedback oscillator model consisting of an amplifier with the transfer function A(s)
and a feedback path with the transfer function f(s). The combination of the two
elements results in the transfer function

Va(s) A(s)

HO =30 T 17 AMBe)

(2.2)

A steady state oscillation can occur when for technical frequencies s = jw the
open loop gain A(jw)B(jw) = —1. In this case the transfer function H(s) of the
feedback oscillator shows poles on the imaginary axis. This requirement for steady
state oscillation is known as the BARKHAUSEN criterion.
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I

Figure 2.2: Negative impedance oscillator model

For the startup of an oscillation from the noise inherent in any circuit, the NyqQuist
stability criterion is to be considered [52]: The number of right-hand plane poles of
a system is equal to the number of the right-hand plane poles of A(s)S(s) plus the
number of the clockwise encirclements of the point s = -1 by A(jw)B(jw). Coun-
terclockwise encirclements are to be subtracted from the clockwise encirclements.
When A(s)S(s) has no right half plane poles, the number of clockwise encirclements
of s = —1 directly determines the stability of the feedback system.

The second model, the negative resistance model, has been shown already in 1917
by Vallauri [53]. This method is equivalent to the positive feedback model from a
network theoretical point of view [51]. For this model we consider the circuit in
Figure 2.2. Zp(s) and Zy (s) represent the impedance of the active device and the
impedance of the load circuit, respectively. Yp(s) and Y.(s) are the corresponding
admittances. In the case of series resonance a steady state oscillation at the frequency
so can be achieved when

ZD(S()) + ZL(S()) =0 (23)
is fulfilled for its real an its imaginary parts. For parallel resonance the admittances
are to be considered and the corresponding condition for a steady state oscillation is
given by

YD(S()) + YL(S()) =0. (24)

For the startup of an oscillation the poles of the circuit in Figure 2.2 need to be
investigated in. This can be achieved either determining the poles of the equation
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Zp(s)+Zy(s) = 0 directly or by using the NYQUIST stability criterion. For the latter
the transfer function Tz (s) = Zp(s)/ZL(s) needs to be considered [52] with respect
to its right hand side poles and the encirclements of the point s = -1 for s = jw as
described above. For the ease of simplicity the circuit is separated in a way so that
poles in the transfer function are omitted. When admittances are considered the
transfer function is given by Ty (s) = Y1(s)/Yp(s), which is equal to Tz (s).

In most of the technical relevant cases, i. e. high Q-resonator oscillators, the fol-
lowing assumptions are met: The frequency dependency of the load circuitry can be
neglected. Furthermore, the transfer function does not show right hand side poles
and encircles the point s = —1 only once for s = jw. When these conditions are
fulfilled, the NYQUIST criterion can be proven by the analysis of the crossing point
of the transfer function and the real axis. An oscillation can rise from the noise,
when this crossing point is located at s < -1 and the direction of the curve at the
intersection is in clockwise direction. For impedances this can be formulated by

m{ZD(So) + ZL(S())} <0 and j{ZD(So) + ZL(S())} =0 (25)
and M > 0. (2.6)
ow

When admittances are considered, these conditions are given by
—m{YL(So)} < m{YD(SQ)} <0 and j{YD(So) + YL(S())} =0 (27)

and DG}

Yo (2.8)

This dependency has been formulated already by Kurokawa in 1969 within the
derivation of the onset of an oscillation by an nonlinear network analysis [54]. The
conditions in (2.5) are often found in literature as general conditions required for
the startup of an oscillation, while (2.6) is most times omitted. This simplification is
justified for most technical oscillators, as the phase of impedances usually grow with
frequency. For a correct analysis of the oscillation conditions, however, the complete
set of equations and the conditions above must be considered.
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The negative impedance model is originated by works on oscillators that use two
terminal devices as e. g. diodes as active elements, to obtain the negative resistance.
In the case of three terminal devices, as e. g. transistors, the device is usually embed-
ded into a passive network and the impedance at the output terminal is considered.

A more elegant linear method to consider an oscillatory circuit is the straightfor-
ward linear network analysis. In the small signal case the system of network equa-
tions

M(s)x=0 (2.9)

in the frequency domain with the oscillation frequency w as parameter is set up. The
matrix M denotes the matrix describing the linear circuit and the vector x denotes the
state variables. This homogeneous system of linear equations is the network theoret-
ical formulation of the oscillation condition. It is equivalent to the other two crite-
ria described above [51]. The positive feedback method and the negative impedance
method, however, give the circuit designer a better understanding of the circuit prop-
erties, especially, when it comes to the startup conditions for an oscillation.

2.1.2 Nonlinear Analysis of Oscillators

The linear circuit analysis is an approximation of the nonlinear behavior at a specific
operating point for small signals. With increasing signal amplitudes nonlinearities
must be considered for a rigorous circuit analysis. While for a small signal amplifier
in general a linear analysis is appropriate, it gives only a rough approximation for
e.g. a power amplifier or an oscillator. In the linear analysis only one frequency is
considered, while the generation of harmonics and the mixing between frequencies
are neglected.

In an oscillator circuit, the nonlinearities cause the amplitude saturation that de-
termines the steady state amplitude of the oscillating signal and its harmonic content.
Therefore, in a linear analysis the output power of an oscillator cannot be calculated.

The nonlinear behavior of oscillators has been studied already in 1934 by van der
Pol [55] by means of nonlinear differential equations. The so-called van der Pol os-
cillator consists of a resistive nonlinearity that is modeled by a cubic function. By
solving the differential equations, van der Pol is able to determine the signal power
of the oscillator.
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Numerical methods for solving the nonlinear network equations for arbitrary
circuits have been established in recent decades. The state of the art are time do-
main [56,57], frequency domain [58] and combined frequency-time domain [59-62]
methods, which are implemented in most commercial simulators.

For oscillators to be designed for low phase noise, straightforward transient time
domain methods are in general not suitable. The high resonator Q implies very long
turn-on transients and thus a large number of time steps needs to be analyzed [59,
60]. Additionally distributed circuit elements are generally described in frequency
domain by Y- or S-parameters that cannot directly be transformed into the time
domain [63].

Thus, for the analysis of oscillators the most appropriate methods are frequency
domain and combined frequency-time domain methods. These methods can be
summarized by the term harmonic balance methods and methods derived hereof.

In harmonic balance the solution is represented by a linear combination of sinu-
soids. Thus, it is a frequency domain method. The nonlinear equations, however,
are mostly solved in the time domain and Fourier transformed into the frequency
domain, but can also be solved directly in the frequency domain [64]. This, however,
is not a fundamental property of the algorithm [61]. The characteristic property of
the method is that the currents of the linear and nonlinear subcircuits are equal (bal-
anced) at all ports.

For the circuit analysis by harmonic balance the circuit is usually separated in
a linear and a nonlinear subcircuit as shown in Figure 2.3. The linear part is then
solved in the frequency domain, while the nonlinear part is analyzed in the time
domain. The solution is found when the currents of the two subcircuits balance out,
or in other words, they fulfill Kirchhoft’s current law.

The separation into subcircuits is not compulsory. The circuit partitioning is mainly
advantageous when the linear subcircuit is much larger than the nonlinear subcir-
cuit [61].

In harmonic balance the port variables are described by the state vector

X;
X=]: (2.10)
XN
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Figure 2.3: Linear and nonlinear subcircuits for harmonic balance analysis

containing N subvectors X, that represent the state variables at each of port. For
node oriented harmonic balance methods the state variables are the currents and the
voltages at the common nodes, whereas for port oriented harmonic balance methods
normalized powers are considered [63]. In this work, focus is put to node oriented
harmonic balance methods.

Each state variable X, represents the Fourier coefficients of the time domain volt-
age or current at node » that is assumed to be periodic. The coefficients are assorted
in the subvector

X, = : |. (2.11)
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In this thesis the harmonic balance formulation with positive and negative fre-
quencies is used. By using a notation with only positive frequencies, the compu-
tational effort for solving the system of equations could be reduced [61, 63]. The
considered frequency range is limited to K harmonics resulting in a dimension of
N(2K +1) for the state vector X. The Fourier coefficients for the negative frequency
components in the state vectors are the complex conjugates of the positive frequency
components

Xk = X g (2.12)

Hence, the number of unknowns in the state vector is reduced to NK. In node ori-
ented harmonic balance the function F(V, w) that describes the circuit relates the
voltage stage vector to the current stage vector as

F(V,0) =1 (2.13)

The steady state solution denoted by V° is found when for a given set of port volt-
ages Kirchhoft’s current law for the currents into the linear and into the nonlinear
subnetwork is fulfilled

F(V° w) = 0. (2.14)

The function F(V, w) is called the cost function or the error function and is to be
minimized when the problem is solved. (2.14) shows an infinite number of possible
solutions due to the unassigned phase of a free running oscillator. Therefore, the
phase of the first harmonic at one node is usually set to zero (see e. g. [49,50]).

The Linear Subcircuit

The linear subcircuit is described by the linear system of equations as

IL=YV (2.15)
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were I, and V are state vectors for current and voltage, respectively, in the form
defined in (2.10). The admittance matrix Y is given by harmonic Y-parameters. It
has the dimension N(2K + 1) and consists of N x N submatrices Y,, , with the
dimension 2K +1

Y, n = diag[ Yy, (kw)] for k=-K,...,K. (2.16)

These submatrices are diagonal matrices describing the Y-parameters at the harmon-
ics of the fundamental frequency w.

The Nonlinear Subcircuit

The most common nonlinear elements in RF circuits are nonlinear capacitors, re-
sistors and controlled sources. The nonlinear elements are assumed to be all voltage
controlled. This is not a limitation as current controlled nonlinearities can be trans-
formed to voltage controlled elements [63]. For determining the nonlinear current
vector Iy, in (2.14) first the excitation voltage vectors for each port V,, are inverse
Fourier transformed into the time-domain

V, oo v,(t). (2.17)

The current into a nonlinear conductance or a controlled current source is given
by

iG,n(t) :fG,n(Vl(t),Vz(t),...,VN(t)) (218)

as a function of all port voltages v,, in the time domain. By the Fourier transform
iGn(t) o— I , the current vector in the frequency domain at port # is determined.
The current vectors for all nodes are written in the form as (2.10) by

Ig=| : |. (2.19)
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In a nonlinear capacitor the charge is considered in the time domain a function
of the port voltages. It is given by

gn(t) = f(n1(t),v2(t),...,vn(2)). (2.20)

The Fourier transform of the charge waveform q, () results in the frequency do-
main charge vector Q,,. The charge vectors of all ports are summarized in the charge
vector Q.

The displacement current through a nonlinear capacitor is defined as the time
derivative of the charge

d
ien(t) = Eqn(t)’ (2.21)

which complies in the frequency domain with a multiplication by j kw

d .
2 n(1) o= jkwQu . (2.22)
For this multiplication in the frequency domain the diagonal matrix
Q:diag[Ql,Qz...QN] (223)

consisting of the diagonal submatrices with the harmonic frequency contributions
for each port n

Q, = diag[-K,...,K] (2.24)

is introduced. Thus, the state vector for the current can be written in the frequency
domain by

I, =jwQQ. (2.25)
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The total current into the nonlinear subcircuit is the sum of the current into the
nonlinear conductances and into the nonlinear capacitances

FNL(V) =InL =1 + ] a)QQ (226)

Numerical Algorithm for Harmonic Balance

With (2.15) and (2.26) Kirchhoff’s current law in (2.14) can be rewritten as

F(V) =YV +Ig +jw0Q=0. (2.27)

In most circuits the solution of this equation can be found only numerically due
to its high complexity. The most common algorithm for solving (2.27) is Newton’s
method or modifications of this method [61, 63]. For this purpose the nonlinear
function F(V) is linearized at one set of trial voltages V|, as

F(V,+0V) » E(V,) +J5(Vo)oV (2.28)
with
_ OF(V)
Je(Vo) = WV |y, (2.29)

The matrix Jg(Vy) is known as the Jacobian matrix. From

F(Vo) - % AV=0 (2.30)
Vo
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the estimate voltage correction vector AV can be calculated. Starting from an arbi-
trary set of trial voltages the steady state is calculated iteratively. The elements of the
Jacobian are given by

9F;(V)

2.31
57, (2.31)

Je(Vo)li, jl =

V=V,

For calculating the Jacobian matrix we recall (2.27) and derive each addend with
respect to the components of V as

JE :Y+(;I—$+jwﬂg—3. (2.32)

The linear subcircuit contributes with the matrix Y directly to the Jacobian matrix
whereas the nonlinear subcircuit needs to be investigated in the time domain and
then Fourier transformed into the frequency domain [63]. The frequency domain
current coefficients at node n are determined by the Fourier transform

T
1 .
Inx= T f in(t)e ket de (2.33)
0

from the time domain waveform. Its derivatives with respect to the voltage V,, ; at
node m at the frequency lwg are

T .
Olw _ 1 [ Obw OV jkanty, (2.34)
an,l T 0 avm an,l

With the inverse Fourier transform of the voltage V., at port m

K
V(1) = Y Ve 19! (2.35)
I=—K
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we determine the derivative

oV,
OVl

= ¢l fwot (2.36)

and obtain from (2.34) the derivative of the coefficient for the kth harmonic of the
current into port # by the coefficient for the /th harmonic of the voltage at port m

T _.
ol k _ 1 aie—j(k—l)wotdt' (2.37)
an,l T 0 8vm

For nonlinear capacitors the derivative of the charge with respect to voltage is
determined by

T
Qi _ 1 f 9n —(k-Dawot g, (2.38)
an,l T ) an

The Jacobian matrix is composed of N x N submatrices. Each submatrix has the
dimension 2K +1 and represents a harmonic matrix for one node. The diagonal ele-
ments of these submatrices give the admittance values for all considered harmonics,
while the off-diagonal elements describe harmonic mixing transadmittances.

For the analysis of a circuit by harmonic balance the Jacobian matrix needs to be
recalculated for each iteration step. By using (2.30) the estimate voltage correction
vector AV is determined. The solution is found, when the error F(V) vanishes.

2.1.3 Example: Jacobian Matrix of the Van der Pol Oscillator

In the following we determine the Jacobian matrix for the steady state solution of the
van der Pol oscillator in Figure 2.4. The phase noise of this oscillator will be analyzed
in an example in the the phase noise chapter (2.2.3).
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Ga(V) v C GD

Figure 2.4: Van der Pol oscillator

A van der Pol oscillator consists of a nonlinear conductance G,(u) and a fre-
quency determining network modeled by a lossy inductor and a capacitor and the
load conductance G. The nonlinear conductance is described by

ica(t) = Gav(t) = —Go(1- bv?(t))v(t) with Go>G (2.39)

The resistance Ry, in series to the inductor L is introduced in order to avoid an infinite
conductivity in the inductor path. The resistance is assumed to be very small and
therefore it can be neglected later.

In order to keep this example simple only the fundamental frequency is consid-
ered (K = 1). For the oscillator in Figure 2.4 the number of ports and the number of
state variables is N = 1. Thus, the voltage vector V has 3 elements.

The admittance matrix for the linear subcircuit is a diagonal matrix with the ele-
ments

—rap ~J0C+G 0 0
Y= 0 Lig 0 . (2.40)
Ry
0 0 s +jwC+G

The nonlinear contribution to the Jacobian matrix is determined by (2.37). The port
indices n, m are equal to one. Thus only the derivative

iiGa(v) = —Go(1-3bv*(1)) (2.41)
ov
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needs to be considered in the Fourier transform. The differential conductance is
voltage dependent and thus in a numerical solver it would be calculated for each
iteration step. Here, we directly use the analytical solution of the van der Pol oscil-
lator:

VO(t) = Vi(e 9ot 4 &0t (2.42)

with

Vi=1/%C nd we- (2.43)
"V 366G, " VIc '

The higher harmonics are neglected in this example. The voltage state vector of
the steady state solution is given by

Vi
vi=|o (2.44)
Vi

With the steady state solution the derivative in (2.41) results in

a . Go-G 3 H 2

glGa(V) =-Gy (1 - S (e Jwol | e""“t) ) (2.45)
=-Go +(Go— G) (e7290! 4+ 24 &290") (2.46)
=Gy —2G + (G - G) (e77290" 4 &240") (2.47)

and with (2.37) we determine the Fourier transform

oy 1

T
SV / (Go—2G +(Go - G) (e77290" + 2e0t) e (kDo) 4 (2.48)
0
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and obtain the elements of the Jacobian matrix as

ol
I=k: —=Gy-2G 2.49
oy, - G0 (2.49)
. 1 [
P=kets S [ ((Go=26)e7" 4 (Go = G) (770" +&*")) dt =0
aVk+1 T g
(2.50)
ol
I=k-1: =0 2.51
Vi (251)
a, 1 [
l=k+2: k- — f ((Go - 2G)e ! + (Go - G)(e7**°* +1))dt = Go - G
aVk+2 T o
(2.52)
ol
I=k-2 =G -G. 2.53
v, 0o (2.53)
With these results the Jacobian for the van der Pole oscillator is
j[--L - wC|]+Go -G 0 Go-G
Je (V0 0) = 0 x+tG -G 0 .
Go-G 0 j[-2 +wC]+Go-G

(2.54)
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2.2 Analysis of the Oscillator Phase Noise

2.2.1 Methods for Phase Noise Analysis

For the analysis of the phase noise in oscillator signals approaches based on linear
and nonlinear oscillator models have been developed in the last decades. An ency-
clopedic overview of these methods is given in [49,50].

The most common model based on linear oscillator theory is the empirical model
of Leeson [65] in which a feedback oscillator consisting of an amplifier as active
element that is described by its noise figure and a resonator with the quality factor Q
is used. Due to neglecting the nonlinear behavior of the oscillator circuit, however,
modulation of the noise sources and noise mixing between harmonic frequencies
can not be taken into account by these linear models.

For an accurate noise modeling of an oscillator a nonlinear treatment of the cir-
cuit is indispensable. The statistical properties of the noise processes of the circuit
elements are the basis for the analysis. These noise processes can be described by
a set of nonlinear Langevin equations that give the deterministic and the stochastic
behavior of the oscillator [49,50].

There are three groups of methods used for solving the Langevin equations: First,
the direct solution of the Fokker-Planck equation, which can be established by the
Langevin equations [66, 67]. This method allows to find an exact solution for the
oscillator noise spectrum but entails a large numerical effort for oscillator circuits
(59, 60].

In the second group of methods the Langevin equations are integrated numeri-
cally in the time domain [68]. The noise sources are implemented as random num-
ber generators. The spectrum of the oscillator signal is determined by averaging and
Fourier transform. As with the first method, here an exact solution can be found.
However, this method requires long integration times and thus it is unsuitable for
complex circuits.

The third approach to solve the Langevin equations is limited to small signal per-
turbations of the steady state signal. This, however, is in most cases not a limitation
as in the relevant type of operation the noise is small compared to the oscillating sig-
nal. This allows to use perturbation theory and the linearization of the differential
equations around the steady state.
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This approach is used by several authors [69-72] for the calculation of the oscil-
lator signal amplitude and noise in simplified oscillators. Kartner generalized this
method for arbitrary complex oscillators in [73] by deriving a general expression for
the correlation spectrum of an oscillator in the time domain. In [74, 75] Kirtner
extends this method for f~ noise sources. With the theory presented by Demir
in [76] any desired colored noise source can be included in the analysis. In [49,50]
and [77] the conversion analysis approach is formulated in the frequency domain,
which makes it compatible with harmonic balance methods.

The correlation matrix approach is currently the most common one for simulating
noise in oscillators. Beside that, the method of time domain impulse sensitivity func-
tions [78] is developed in 1998 by Hajimiri and Lee. In this theory the calculation
of the Jacobian matrix is not required. The time-derivatives of the oscillator steady
state solution are used for determining the tangential small signal perturbations of
the limit cycle [78].

An analytical comparison of the two approaches is given by Sudrez [79]. The ap-
proximate analytic calculation of the impulse sensitivity functions shows a good
qualitative agreement with the conversion analysis approach, but is less accurate.
This statement is validated in [80] in a comparative study by means of three differ-
ent practical oscillators. Vanassche investigates in [81] into phase noise simulation
of injection looked oscillators. He concludes that the method by impulse sensitivity
functions in [78] is not accurate enough to analyze injection looked oscillators or
generally any oscillator where the input sources are not stationary.

2.2.2 Phase Noise Analysis by Conversion Analysis

In the following the conversion analysis approach in frequency domain is consid-
ered. We focus on the work of Anzill [49,50] and extend this method by considering
the oscillator phase noise at harmonic frequencies.

In this method, the noise sources are taken into account in the nonlinear system of
equations as in (2.14) by the additional parameter N representing the noise source
vector.

F(V°, w,N1) = 0. (2.55)
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The noise vector Nt has the form of (2.10). The index T indicates that time windowed
signals are considered for amplitude spectra of the random noise signals. As long as
the oscillator is not operating close to its bifurcation point the noise sources can all
be regarded as small signals compared to the oscillator signals [82]. Therefore they
are considered in a linearized manner as

F(V%, w) +G(V’, w)Nr =0 (2.56)
with
GV, ) = ZEV-9) . (2.57)
ONt V=V Nr=0

The matrix G(V°, w) is the linear noise conversion matrix for the noise sources in
the steady state regime of the oscillator.

As the noise signals can be regarded as small signals, the state variables and the
oscillation frequency of the perturbed oscillator differ only by a small amount from
the unperturbed case

V=V°+8V with [6V] < |V°| (2.58)

w=wy+w, with o, < w,. (2.59)

The small amplitude deviation JV is taken into account in a linear manner by the
Jacobian matrix defined in (2.29). As F(V°, w,) = 0 is fulfilled in the steady state,
Kirchhoft’s current law (2.14) is now given by

Je(V°, 0)8V + G(V°, w)Ny = 0. (2.60)

The Jacobian matrix contains the conversion parameters of the noise signals mixed
with the spectral components of the state variables. At the steady state the Jacobian
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matrix is singular [56] and thus it has one eigenvalue equal to zero, denoted by A; = 0.
This means that a distortion vector §V exists, so that Jg(V®, wy)dV = 0 and thus
Kirchhoft’s current law (2.14) is also fulfilled for V° + 8V. This implies that the new
solution V° + §V differs from the steady state solution V° only by a phase shift while
the amplitudes in the state vector remain constant. The corresponding eigenvector
points in the direction of the phase deviations. These stochastic phase fluctuations
represent the oscillator phase noise [49,50].

Deviations in the direction of the other eigenvectors with A,, # 0 with n > 1 de-
scribe amplitude noise. In this case Jz(V°, wy)8V # 0 and the steady state ampli-
tudes vary. In contrast to phase deviations, here restoring forces towards the steady
state take effect. Due to the decomposition in deviations tangential and normal to
the limit cycle a definite separation of amplitude and phase noise is achieved.

As mentioned already above the Jacobian matrix is singular in the steady state.
Thus, it cannot be inverted directly. To circumvent difficulties in inverting the Jaco-
bian matrix, it is linearized with respect to frequency at the steady state oscillation
frequency by

Je(V°, 0o + @) = Je (VO @o) + wmJw(V°, wo) (2.61)
with
0
Jo(V, wo) = (V2. 0) (2.62)
aw w=wo

For small offset frequencies wy,, which are usually considered in a phase noise
analysis this linearization is justified.

In the following an eigenvalue decomposition of the Jacobian Jr with left-sided
eigenvectors Uj and right-sided eigenvectors W; is performed in order to decompose
the oscillator noise.

UiTe(V®, wp) = 47U} (2.63)

Je(VO, wo)Wi = AW (2.64)
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For a set of left- and right-sided eigenvectors the eigenvalues are equal A}’ =AV =
A; for i = j and the orthogonality relation is valid

. 1 i=j
U;W, = 6,']‘ with 8,']' = {O i+ ] . (265)

The right sided eigenvector W1 is the tangential vector on the steady state regime.
It is given by

Wi =jwoQV° (2.66)

with Q defined in (2.23).

The left sided eigenvector Uy is determined by the eigenvalue equation where A, =
0, thus

J*(V°, wo)U; = 0. (2.67)

U, can be determined by LU-decomposition numerically [49,50]. The length of
the vector is chosen to fulfill the orthogonality relationship in (2.65). By applying
the projector operator W,Uj to the noise sources in the steady state space the phase
noise deviations are separated from the amplitude noise.

The physical representation of the eigenvectors U; and Wj is illustrated in Fig-
ure 2.5. The time domain signal of two state variables X; and X, are drawn into a
2-dimensional diagram. The eigenvector U is tangential to the steady state.

The eigenvalues and eigenvectors for the perturbed Jacobian matrix Jg(V?, wq +
Wy, ) are given by
Ai=A;+ 8N with |6 < |Ay], (2.68)

U =U? +8U7 with [6U;] < |U;], (2.69)

Wi =W+ W with  [OW,] < [Wi. (2.70)
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\
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X4

Figure 2.5: Physical representation of the eigenvectors U; and Wj [49,50]

The deviation of the eigenvalue 1, is calculated in [49,50] under the assumption of
the Jacobian matrix linearized with respect to frequency by

i = 0 U T (V2 wo)W; (2.71)
and with A; = 0 and (2.66) we get
A =04 = 0 U Jo (V2 w00)jwo V. (2.72)

With these eigenvectors the Jacobian matrix and its inverse can now be expressed by

n(2k+1)

J(V,w)= > MNWU" and (2.73)
i=1
n(2k+1) 1

'V e) = Y WU (2.74)

/
i=1 Ai
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Instead of calculating the inverse of the bad conditioned Jacobian matrix numeri-
cally, (2.73) is used to rewrite (2.60)

n(2k+1)

8Vr= 3 WU (-G(V’, 0)Nr). (2.75)
o A

The correlation spectra of the noise sources CN (w) and the deviations of the state
vector C°Y(w) are defined by

1
C¥(@) = Jim — (Nr(@)Nf(0)) (276)

1 N
C(w) = Thgoﬁ(av(w)av (w)). (2.77)

where the brackets denote ensemble averages. With (2.75) and
(W,U/GN{N{G'U;W}) = U/ G (NIN}) G'U;W,; W (2.78)
and
CN(w) = G(V%, w)CN ()G (V°, w) (2.79)

we obtain the noise correlation matrix of the oscillator circuit

n(2k+1) n(2k+1) 1
= > X A,AMUTCGN(w)U;w;w;ﬂ (2.80)
i

i=1 i=1

In C°(w) all noise processes are enclosed. The correlation spectrum for the
phase deviations C?(w) is determined by applying the projection operator W;U;*
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in (2.80). The deviations 6V; and §W; of the eigenvectors are by a factor of about
wm/wo smaller than the eigenvectors. Therefore, these deviations can be neglected
and we approximate U] ~ U; and W] ~ W; and achieve

1
M

U CN(w)U, VoV Q
w2 U6 (VO, o) QVO2

C?(w) = —=U; CN(w)U,W,W; = (2.81)

The coefficients in the matrix QVOV%* Q in (2.81) scale the noise correlation factor
C?(w) p,m k.1 between the nodes n and m and the frequencies kwo and lwy. For
n =m and k = [ the scaling factor for the noise autocorrelation factors are

vV, =KV (2.82)

The phase noise of oscillators is characterized by the single-sideband phase noise
L(wy) at an offset frequency wy, from the carrier. It is the ratio of the noise power
Pn,»(w) in a single sideband in a bandwidth of 1 Hz at an offset frequency w,, from
the carrier frequency and the total signal power Ps , at node n.

L) = Dok (@m). (2.83)

PS,n,k

The phase noise power that would be delivered to a normalization resistance Ry
at the kth harmonic frequency at node n is

P,k (0m) = 2RNCY (fo + fin) (2.84)

U CON(wp + wm)Ulk2|V£)k\2
=2RN—— TV avop (2.85)
“-’m‘ 1]w( ,wo) |

The noise power in the considered 1 Hz bandwidth is assumed to be constant. For
offset frequencies f,, >> 1Hz this assumption is justified, as the phase noise decays
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with f,,% in general. With the oscillator signal power at the kth harmonic frequency
atnode n

Ps = 2RN|V;?,k|2 (2.86)
we obtain the single side band phase noise at the kth harmonic frequency

U/ CN(wg + wp ) U K2

Ly = 2.87
,k(wm) wrzn‘Uf—Iu)(VO)wO)QVOP ( )
wz
= M/Tz U‘IFCGN(WO + wm)U1k2~ (2.88)
1

From (2.87) it can be seen that the phase noise power scales with the square of
the harmonic index k. Thus e. g. at the second harmonic frequency 2w, the phase
noise level is 6 dB higher than at the fundamental frequency wg. The following model
can describe this fixed ratio: a phase disturbance A¢ of the fundamental frequency
occurs at the kth harmonic by a phase change by kAg.

When only white noise sources are considered £(wy,) decrements by 20 dB per
frequency decade. For f~% noise sources the correlation spectrum C®N scales pro-
portional by f~% and thus the single side band phase noise reduces with (20 + 10a) dB
per decade. Different kind of noise sources in one circuit result in an overlapping of
the various kinds of frequency decays, which can be recognized in the phase noise
spectrum of the output signal.
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Ga(V) v C GD

Figure 2.6: Van der Pol oscillator with current noise source

2.2.3 Example: Phase Noise of the Van der Pol Oscillator

The method described above is used now to analyze the phase noise characteristic of
the van der Pol oscillator described in section 2.1.3. The noise source is described by
a zero-mean gaussian white noise current source denoted in Figure 2.6 by iy. This
noise source could also include f~* noise. The noise correlation matrix C' of the
noise current source is

1 0 0
Cr=gl0 1 0 (2.89)
0 0 1
and the noise conversion matrix defined in (2.57) is
1 0 0
G=(0 1 0f. (2.90)
0 0 1

Thus C8% = C%. The Jacobian matrix that describes the linearization around the
steady state of the oscillator in (2.54) is now considered at the shifted frequency w =
wo + Wy



Oscillator Signal Analysis 35

ile— 1
J[ (*woﬂ’m)L( w°+wm)c]+ 0 GO -G
+Go—-G
Je(V, w) = R amt H omCt
F =
’ 0 +Go-G 0
il —1
GO -G 0 J[ (wo+wm)l-+(w°+wm)c]+
+GQ—G

(2.91)

Based on that, the Jacobian matrix linearized with respect to frequency is calcu-
lated after (2.62). With the oscillation frequency in (2.43), small offset frequencies
compared to the carrier frequency (wy, < wg) and a negligible series resistance
(RL < wyL) we obtain

0 j2c 0 0
Jo(V% wo) = w 0 jC- % 0 |. (2.92)
@ a=e | 0 0 j2C

The first eigenvalue of the Jacobian matrix at the oscillation frequency wg is A; = 0.
At the offset frequency wp, the first eigenvalue for the perturbed Jacobian matrix is
determined by (2.72)

A =20, C. (2.93)

The unperturbed left-sided and the right-sided eigenvectors are determined with



Oscillator Signal Analysis 36

(2.66) and (2.67) as
W1 = ) Wo Vl 0 (294)

. 1
)
U =- 0]. 2.95
= Saii | (2.95)

Thus, the single sideband phase noise is given by (2.87)

2

w
Lk (0m) = | A’TZ Uy cery, (2.96)

1

2
w; 20
= 2.97
4w C? 4wi| Vi ? @97)
o

=—\ 2.98
803, CIVi[? 299

With the quality factor Q = w(C/G, the oscillator signal power Ps = 2|Vj|*G
and the noise correlation density 0 = 2 FkTG the single side band phase noise is be
expressed by

wWiFkT

_ 2.99
8wz, Q*Ps (2:99)

‘Cn,k(wm) =

This result agrees with the analytical solutions found by Leeson [65].
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2.2.4 Oscillator Phase Noise Analysis Conclusion

We have investigated on the theory of oscillator phase noise analysis by the conver-
sion method. The method of Anzill in [49, 50] has been extended for the oscillator
phase noise analysis at harmonic frequencies. Since in a push-push oscillator the
second harmonic frequency is coupled to the output, the phase noise analysis at this
frequency is of great interest for this type of oscillators.

A comparison of the method by Anzill, which is described above, with the method
by Rizzoli [77] shows that Anzill's method with the eigenvector decomposition is
simpler to use. However, it does not use the frequency of oscillation as an unknown
when the noise sources are introduced. In an autonomous system this frequency,
however, can be affected by the noise perturbations. This limitation is expected to
take effect especially at small offset frequencies, e. g. below 1kHz when the oscilla-
tion frequency is in the microwave range. For most applications at these frequencies
this is not a limitation, since the oscillator phase noise is mostly specified at offset
frequencies at 100 kHz or 1 MHz.

Due to the higher accuracy at low offset frequencies from the carrier, Rizzoli’s
method has been implemented in several commercial simulators (e.g. Advanced
Design System (ADS) of Agilent, Microwave Office of Advanced Wave Research
(AWR), Spectre of Cadence).

The implementation of the method described above requires two steps: First the
steady state solution and the Jacobian matrix need to be calculated as described in
section 2.1.2. These results of the unperturbed oscillator are then used for the oscilla-
tor phase noise analysis. The steady state calculation is already standard in commer-
cially available circuit simulators. However, the Jacobian matrix that is needed for
the phase noise analysis cannot be extracted from these programs. Inquiries at the
companies Agilent and AWR during this work have shown that they are not willing
to give out the Jacobian matrix — not even for research purposes.

The calculation of the Jacobian matrix would have required the implementation
of a complete harmonic balance circuit simulator. This, however, would have gone
beyond the scope of this work and thus, also the phase noise analysis method has not
been implemented. The principles of the phase noise theory, however, have been a
basis for the design of the oscillators described in chapter 5.



Chapter 3
Push-Push Oscillators

3.1 The Push-Push Oscillator Principle

The maximum oscillation frequency that can be reached by a fundamental frequency
oscillator is primarily limited by the active devices used. For transistor-based oscil-
lators the maximum frequency of oscillation fn.x is given by the frequency where
the maximum available gain of the device is reduced to one.

For extending the frequency range for a given technology the harmonic frequency
content of the oscillator signal can be coupled out. In order to increase the signal
power at harmonic frequencies the nonlinearities in the oscillator need to be en-
hanced. This can be reached by a large signal drive of the nonlinear characteristics
of the active devices or by adding a multiplier stage at the oscillator output. In any
of these cases, however, the output signal needs to be filtered to achieve a purely
sinusoidal output signal.

A push-push oscillator combines both, the harmonic frequency content genera-
tion and the cancellation of the unwanted frequency contributions at once. It consists
of two equal suboscillators operating in odd mode at the fundamental frequency fy
as depicted in Figure 3.1. Nonlinear distortion in the suboscillators cause harmonic
frequency contributions in the output signals s;(#) and s,(t) of the suboscillators at
the nth harmonic f, = nf,. The output signals are given by

si(t) = i an -sin(nwot + ¢,) (3.1)

n=0

38
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J ZSI

s1(f) s(t) Zr

Sz(t)

T Zs,

Figure 3.1: Principle of the push-push oscillator

Suboscillator 1

Suboscillator 2

s2(t) = > ay - sin(nwot + @, + Agy,). (3.2)

n=0

Due to the odd mode operation of the suboscillators the phase differences of the
frequency contributions of the two output signals are given by

Ag, =nm. (3.3)

At the common output port the output signals are added up to the output signal
of the push-push oscillator

s(t) =s1(t) +s2(t) = i 2-ay,-sin(wot + ¢,). (3.4)
n=2,4,...

The fundamental frequency and the odd harmonics cancel out, while the even
harmonics add in phase as demonstrated in Figure 3.2. Hence, power is delivered
to the load only at the even harmonics f,, f4,... [83-85]. An ideal suppression is
achieved only when both oscillators operate stable at the same frequency in odd
mode and show the same signal power at each frequency contribution.
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t—

Figure 3.2: Output signals s;(¢) and s,(¢) of the two subcircuits (solid lines) with
their harmonic frequency contributions plotted individually (dotted
lines) and the sum s(¢) of the combined signals
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The push-push principle was known already in the 1930’s when push-push dou-
blers were realized [86]. The first push-push oscillator published dates to 1983 [83].
John B. Bender and Colmon Wong predict the push-push topology for the realiza-
tion of bipolar transistor oscillators at X-band and above. To verify the design theory
a 200-MHz push-push oscillator was built and measured. The experiments showed
that by distorting the current waveforms in the active devices, their second harmonic
content increases and therefore the output power of the push-push oscillator rises.

3.2 Properties of Push-Push Oscillators

The push-push oscillator principle shows several advantages over a conventional
fundamental frequency oscillator. First of all, the push-push principle allows to ex-
tend the usable frequency range of an active device as the signal power at the second
harmonic frequency is used. In [87] a push-push oscillator is reported that exceeds
the transient frequency fr and the maximum frequency of oscillation f,,x by a fac-
tor of L.5.

Compared to solutions using frequency multipliers or doublers, a push-push os-
cillator is generally less space consuming. Hyun et al present in [88] a comparison of
the two design options with hairpin resonator based oscillators. The size of the push-
push oscillator is by a factor of three smaller than the realization with a frequency
doubler without considering the size of the required filter.

Additionally push-push oscillators are highly resistant to load pulling effects [89-
91]. The suboscillators are terminated by ‘virtual grounds’ for the fundamental fre-
quency and only the second harmonic frequency component is influenced by varia-
tions of the oscillators load impedance.

As the two suboscillators operate at halve of the output frequency this frequency
contribution can be coupled to an additional output port. Thus, the first frequency
divider that would be needed in a PLL circuit can be saved.

The temperature sensitivity of a push-push oscillator is generally lower compared
to a fundamental frequency oscillator because at the halved oscillation frequency the
temperature sensitivity of the active devices is reduced. This is proved by the com-
parison of W-band push-push oscillators presented in [27,29] and the fundamental
frequency oscillator in [16], which are all build with the same technology.
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The fundamental frequency inherent in the suboscillators needs to be specially
considered in a push-push oscillator. For optimum suppression, attention must be
paid on a symmetric circuit design, layout and fabrication. With a monolithical in-
tegrated realization the best suppression of the fundamental frequency in the output
signal is reached. As high signal amplitudes at fundamental frequency in the su-
boscillators occur, the electromagnetic compatibility at this frequency needs to be
taken care of.

3.3 Phase Noise of Push-Push Oscillators

Phase noise is one of the most essential criteria whether a specific oscillator can be
used in an intended application. Therefore, in this section the phase noise charac-
teristics of a push-push oscillator compared to a fundamental frequency oscillator
are considered.

In (2.87) a general expression for the single side band phase noise of an oscilla-
tor is given. A general dependency of the oscillator phase noise on the frequency of
oscillation, however, cannot be derived directly form this equation. It can only be
applied to a specific type of oscillator and then a relation for the phase noise versus
the frequency of oscillation can be given as in the example of the van der Pol os-
cillator in (2.99). As shown in the example and as commonly known from realized
oscillators, the phase noise power scales generally with w? when all other parameters
are kept constant. This relation is incorporated in various figures of merit definitions
for oscillators available in literature [92-95].

When the oscillation frequency is changed, however, not all other parameters can
be kept constant. The Q-factor that can be reached with one type of resonator de-
creases usually with increasing frequency. Additionally some types of resonators as
for example dielectric resonators or quartz resonators cannot be used in a funda-
mental frequency oscillator with a too high oscillation frequency, but can be used
in the suboscillators of a push-push oscillator with the same output frequency. Fur-
thermore in a push-push oscillator the fundamental frequency is not damped by the
oscillators load impedance because in odd mode operation a virtual ground exists at
the common output port for the fundamental frequency. Therefore, in a push-push
oscillator the loaded Q-factor is equal to the unloaded Q-factor, which results in an
overall increased Q-factor.
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For the generation of the oscillation signal in the suboscillators active devices with
lower noise can be used. Field effect transistors (FET) and high electron mobility
transistors (HEMT) providing high fr and fm.x values can be replaced by the slower
heterojunction bipolar transistors (HBT) showing inherently lower 1/ f noise char-
acteristics [96]. Secondly slower transistors with a larger size exhibiting lower 1/f
noise due to reduced current densities can be utilized. We can sum up these consid-
erations by a factor of (6 + «) dB, with « > 0, describing the phase noise reduction
when the oscillation frequency is halved.

The noise sources in the two suboscillators can be regarded as uncorrelated as
they are originated from different, independent devices. At the output terminal of
the push-push oscillator the second harmonic carrier powers add up while the un-
correlated noise power remains constant [97, 98]. This results in a single sideband
phase noise reduction by 3 dB with respect to the total signal power at the second
harmonic frequency.

Therefore, the overall phase noise reduction that can be achieved by a push-push
oscillator compared to a conventional oscillator cannot be expressed by a factor or
a general equation. Due to the halved oscillation frequency of the suboscillators the
phase noise of the fundamental frequency is (6 + a) dB lower and the phase noise
of the second harmonic frequency is o dB lower than for a fundamental frequency
oscillator. The summation of the suboscillator signals results in a decrease of the
phase noise level with respect to the carrier by 3 dB. Thus, the complete phase noise
reduction of a push-push oscillator is (3 + «) dB.

3.4 Design of Push-Push Oscillators

The main drawback of the push-push oscillator principle is the more complicated
circuit design than that of a fundamental frequency oscillator. The two suboscillators
need to be designed for an odd mode operation while an even mode operation must
be prevented. For the analysis the circuit is cut at the symmetry line and this way the
problem is reduced to a single oscillator that can be investigated depending on the
mode of operation.

The resulting equivalent circuits, one for the odd and one for the even mode, are
drawn in Figure 3.3. In the odd mode case the common port can be represented by
a virtual ground, because the voltages cancel out. In the even mode, no voltage dif-
ference between two symmetric points occurs and thus there is no current between
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Figure 3.3: Equivalent circuits for the modes of operation of a suboscillator

them. Hence, any resistor symmetric to the symmetry line and crossing this line
can be removed in this equivalent circuit. The load impedance Z;, is split into two
parallel impedances, each with a resistance of 2 - Z;..

In the circuit design, first the small signal case is considered as described in sec-
tion 2.1.1. For considering the small signal oscillation condition the suboscillator is
approximated by an one-port connected to its respective termination impedance as
in Figure 3.3. Thus, the small signal oscillation condition for the suboscillator in odd
mode operation is given by

Zs(so) = 0. (3.5)

The unwanted even-mode oscillation must be suppressed to ensure a stable odd-
mode operation. This is unconditionally fulfilled, when the negative real part of
the suboscillator impedance —R{Zs} is smaller than two times the real part of the
oscillator load impedance 2 - R{Z. }

-R{Zs(s)} <2-R{ZL(s)}. (3.6)

Thus, the load resistance attenuates even mode signals and prevents the startup of
even mode oscillations. When the assumptions for the validity of the startup condi-
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tions (2.5) and (2.6) are fulfilled, then for the startup of an odd mode oscillation the
real part of the suboscillator input impedance R{Zs} needs to be negative and the
derivation of the imaginary part J{Zs} with respect to frequency needs to be posi-
tive. Thus the following startup conditions for a push-push oscillator can be given:

0< —%{ZS (So)} <2- ER{ZL(S())} (37)

Zs(s0)} _

- (3.8)

This condition needs to be fulfilled in the whole tuning range of the oscillator. At
any other frequency, any oscillation must be prevented. Therefore, the real part of
the suboscillator impedance must be SR{Zs} > 0 at these frequencies.

When the small signal oscillation conditions are fulfilled, the two suboscillators
can be combined. Then the resulting push-push oscillator is analyzed in a nonlinear
manner as described in section 2.1.2 and section 2.2.



Chapter 4

Design Considerations for the Push-Push
Oscillators

4.1 Fabrication Technology

For the realization of millimeter-wave oscillators MMIC technologies or hybrid inte-
grated realizations can be principally used. The latter shows generally the advantage
of higher available resonator Q-factors. However, due to the parasitics added in a
realization with single transistors, the usable frequency range is limited consider-
ably. Additionally in an integrated circuit fabrication, a maximum in symmetry of
the active devices can be achieved as they are fabricated close together on the same
wafer. Thus, a high fundamental frequency suppression in the output signal of the
push-push oscillator can be reached.

In order to combine high-Q resonators with high symmetry in [99] a push-push
oscillator with an active MMIC part and an external resonator is realized. Such a par-
tially monolithical integration, and also hybrid solutions, however, cannot compete
with MMIC realizations in terms of size and weight. Moreover, when the number of
circuits to be fabricated is large enough the MMIC fabrication is generally the most
cost efficient.

Conventionally oscillators for millimeter-wave frequencies are built on III/V semi-
conductor based technologies. Recent advances in SiGe heterojunction bipolar tran-
sistors (HBTs) [2-5], however, have increased the usable frequency range of SiGe
devices in the last few years. This allows the SiGe technology to compete now with
II1/V devices at these frequencies.

46
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The low noise level at low frequencies (LF) and the resulting low oscillator phase
noise are areas in which SiGe HBTs generally outperform III/V HBTs or high elec-
tron mobility transistors (HEMTs) [6]. The significant lower costs of SiGe chip area
can reduce the prices of millimeter-wave systems and thus it has the potential to open
mass markets for consumer systems at millimeter-wave and submillimeter-wave fre-
quencies.

For the intended application of the push-push oscillator in an automotive radar
system a MMIC realization based on SiGe HBTs is therefore promising. In this work
we make use of the production-near SiGe:C bipolar technology of INFINEON TECH-
NOLOGIES [2,100] for the realization of the designed circuits. In the following two
sections the characteristics of this technology are presented and resulting design is-
sues are considered.

4.2 Active Structures

4.2.1 Properties of the SiGe HBTs

The SiGe:C transistors make use of a double-polysilicon self-aligned emitter-base
configuration. The minimum effective emitter width is 0.14 um. The SiGe:C base is
integrated by using a selective epitaxial growth [2]. The maximum transit frequency
fr is 200 GHz and the maximum frequency of oscillation fi.y is 275 GHz as can be
seen in Figure 4.1.

The optimum collector current density Jc,opt is 8 mA/pm? for maximum fr and
fmax- For lower current densities these maximum ratings are approximately pro-
portional to the collector current density. When the collector current exceeds the
optimum current density Jc,opt, high current effects occur. The main effect in SiGe
HBTs is the Kirk-effect [101], while the Webster-Rittner effect [102,103] can be typ-
ically neglected in these devices due to the relatively high doping level in the base
region [104-106].

The physical principle of the Kirk-effect lies in recombination processes in the
collector-base region. The increased minority carrier concentration compensates
the background ionized donor density of the collector. This causes the original elec-
tric field on the collector-base junction to collapse and being pushed further into the
collector region when the current density rises. This displacement increases the ef-
fective base-width, which is referred to as base push-out. The increase of the effective
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Figure 4.1: Transit frequency fr and maximum frequency of oscillation f,,x versus
collector current of a SiGe HBT with an emitter size Ag = 0.14 x 2.6 um*
extrapolated from measurements up to 30 GHz [2]

base width is called the current-induced base-width. The base delay time 7p increases
and thus the transit frequency fr and the maximum frequency of oscillation fix
drop. Due to the typical dotting profiles of HBTs, the Kirk-effect appears stronger
than in conventional bipolar transistors, which can be seen in the steep roll-off loci
of fr and frax.

The output characteristics of one SiGe HBT is shown in Figure 4.2. It can be seen
that the collector-emitter breakdown voltage BVcgo is 1.7 V. When this voltage is
exceeded the base current gets negative due to increased impact ionization [107,108]
and majority carriers flow out of the base. In this case the collector current I rises
and the device breaks down. In the circuit design therefore a biasing for the HBTs
that is not sensitive for negative base currents needs to be found (see section 4.2.2).

The fabrication technology offers different transistor configurations and various
lengths of the active areas. For the circuits designed in this work the collector-
emitter-base-emitter-collector (cebec) configuration with the maximum available
emitter length of 10 um is used. This results in a total effective emitter area of 2 x
10pm x 0.14 ym = 2.8 um?. The optimum collector current I¢ for fr and fuay is
therefore 22.4 mA.

For the modeling of the HBTs an extended Gummel-Poon model [109] provided
by INFINEON TECHNOLOGIES is used. As long as the transistors are not operated
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Figure 4.2: Measured output characteristics for different base currents Iy of a SiGe
HBT for an emitter size Ag = 0.14 x 2.6 um? [2]

in the high current region or close to their voltage breakdown the Gummel-Poon
model is an accurate large signal model for the transistors.

4.2.2 Optimum Biasing of the SiGe HBTs

In order to achieve a maximum oscillator output power a bias point allowing a high
voltage swing and a high current swing needs to be set up. Therefore, a high col-
lector current I¢ and a high collector-emitter voltage Vg are required. However,
Kirk-effect and voltage breakdown of the HBTs need to be prevented by a carefully
selecting the appropriate bias condition.

In [107,108] Rickelt and Rein consider different driving conditions of SiGe HBTs.
Figure 4.3 shows schematically the dependency of the impact ionization on different
driving conditions for an HBT for equal collector currents I¢ atlow collector-emitter
voltages ViE.

For an impressed base current Iy > 0 the maximum collector-emitter voltage is
given by BV¢go, which is defined for an open base contact (Iy = 0). In this case
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Figure 4.4: Biasing of a SiGe HBT
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the transistor shows its lowest breakdown voltage. This breakdown voltage, how-
ever, can be exceeded by setting up a constant base-emitter voltage Vg or better a
constant emitter current Ig. In these cases a negative base current, induced by im-
pact ionization, does not result in a rapid growth of the collector current Ic. With
an impressed emitter current Iy the highest collector-emitter voltage can be used.
Therefore, this type of bias is used in the oscillators presented in this work.

The stabilization of the emitter current is also advantageous for preventing the
Kirk-effect in the HBTs. For the realization of the current source, a current mirror
circuit is employed. As both suboscillators should be driven with the same currents,
one reference path for both suboscillators is used.

Figure 4.4 shows schematically the biasing of one transistor with the impressed
emitter current. A resistive divider fixes the voltage at the base terminal. As the
emitter voltage is not externally fixed the base voltage and the base-emitter voltage
Vee of the transistor will adjust it. The resistive divider in the design of Figure 4.4
sets the collector-base voltage Vip of the device.

By setting the collector terminal to ground, at this terminal a decoupling of the
DC and the RF path can be omitted. In the oscillators realized, a tuning voltage on
the resistive divider can be applied for adjusting the collector-base voltage Vcp.

4.3 Passive Structures

4.3.1 Metallizations

To enable high performance integrated circuit designs, the fabrication process offers
additionally several passive structures. First of all the metallization layers are to be
mentioned. Four copper layers with thicknesses of 600 nm, 600 nm, 1200 nm and
2400 nm, respectively, can be realized on top of the substrate. The isolations between
these layers consists of a 50 nm SiN layer and rest SiO,. The total thicknesses of
the dielectrics are 850 nm, 850 nm and 2050 nm. In the fabrication of the oscillator
presented in section 5.1.3 the dielectric thickness between metal 3 and metal 4 is
reduced from 2050 nm to 1350 nm due to an update in the fabrication process.

In the circuit layout several design rules for the metallization need to be met. Ta-
ble 4.1 compilates some of these rules. The metal density rules have to be fulfilled in
any 100 pum x 100 um window for metal 1 and metal 2 and in any 400 pum x 400 pm
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Table 4.1: Design rules for the cooper metallizations

metal] metal2 metal3 metal 4

thickness in nm 600 600 1200 2400
minimum width in pm 0.6 0.6 1.2 2.4
maximum width in pm 15 15 15 15
minimum density in % 19.8 19.8 19.8 -
maximum density in % 80 80 80 -

window for metal 3. In a microwave circuit design, therefore, fill structures have to
be placed carefully into the layout for not influencing the circuit performance and
holes in the ground plane need to be introduced.

Between the metallization layers vias are realized for interconnections. For in-
creasing the current carrying ability and for decreasing the series resistance of the
vias in practical circuit designs usually arrays of vias are used.

For the connection of the MMIC aluminum pads can be realized on chip. The alu-
minum structures, however, must not be placed close to active circuit elements and
thus this metal layer cannot be used for interconnects or for integrated transmission
lines.

4.3.2 Integrated Resistors and Capacitors

In addition to the metallizations that can be used also for distributed circuit ele-
ments, the fabrication process offers resistors and capacitors that can be considered
as concentrated circuit elements up to millimeter-wave frequencies.

For high ohmic resistors two different poly-silicon resistors with sheet resistances
0f150 /0 and 1000 Q/0, can be implanted in the Si substrate. A high precision TaN
thin film resistor with 20 /0 can be realized between metal 1 and metal 2.

A metal-insulator-metal (MIM) capacitor between metal 2 and metal 3 allows to
realize high-Q capacitors with an area specific capacitance of 1.4 fF/um?. For the re-
alization of the capacitors also the design rules for the metals need to be considered.
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Figure 4.5: Inductor with 1.5 turns and a size of w x w

Therefore, when large capacitors, e. g. for DC voltage stabilization are needed, arrays
of capacitors are built.

4.3.3 Integrated Spiral Inductors

The realization of integrated inductors is much more challenging as of resistors and
capacitors. Conventionally integrated inductors are realized as planar spirals as de-
picted in Figure 4.5. The electromagnetic field is, however, perpendicular to the
circuit plane and thus it penetrates the lossy Si substrate. In the technology used it
shows a resistivity of 18.5 Qcm and the high relative dielectric constant ¢, = 11.9.

Already in 1965 experiments with spiral inductors on silicon substrates led to the
conclusion that the self-resonance caused by the parasitic capacitance to the sub-
strate limits their high frequency abilities. And the losses due to the eddy currents
induced in low resistivity substrates limit the quality factor Q [110].
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Figure 4.6: Simulated inductance L and Q-values of three inductors with 1.5 turns
and different sizes w x w

The use of high resistivity substrates is one way to improve the inductors perfor-
mance. For the process used in this work, this factor, however, is fixed. In [111] the
author sums up endeavors of the recent years to improve the performance of inte-
grated inductors.

One common approach for planar inductors is bulk etching. This can be accom-
plished either by selectively etching out the silicon from the front side [112], or by
etching form the back side [113]. Another option is surface micromachining, where
the substrate is not etched, but the inductors are realized in a distance above the sub-
strate. The spacing between the underpass and the spiral is in this technology signifi-
cantly increased, thus reducing the mutual capacitance between these lines [114,115].

Another approach to minimize the magnetic flux in the substrate is, to turn the
inductor out of the substrate plane so that the spiral is perpendicular to the substrate.
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These types of integrated inductors are named out-of-plane or solenoid inductors
[116,117].

During this work, however, the production technology used, has not allowed sub-
strate etching or micromachining. Also a shielding of the lossy substrate with a
ground metallization is not practical, since the capacitance to ground would be in-
creased considerably and the resonance frequency of the inductor would decrease.

Therefore, conventional planar inductors are designed. For the simulation of the
inductors the commercial electromagnetic field solver ANsorT HESS is used. Real-
izations with 1 turn, 1.5 turns (Figure 4.5) and 2 turns were investigated. The simula-
tions reveal that the resonance frequency of the inductors with 2 turns is too low for
the use in push-push oscillators for automotive radars. The inductor with L5 turns,
however, provides an inductive behavior in a wide frequency range while being less
space consuming than the inductor with one turn.

Figure 4.6 shows simulation results of three inductors with one and a half turns
and sizes of w = 80 um, w = 60 um and w = 40 um. For the spiral the metallization
layer 4 is used and the underpass is on layer 3. The metal width and the distance
between the turns are both 5um. Wider metal strips or narrower gaps in-between
result in higher parallel capacitances and thus lower resonant frequencies.

For a push-push oscillator with an output frequency of 2 fy = 77 GHz the Q-factor
should be maximum at the internal oscillation frequency f, = 38.5GHz. This is
achieved best by the 40 um x 40 pm inductor. Therefore, this inductor is used in the
oscillator design for 77 GHz.

4.3.4 Integrated Transmission Lines

The use of integrated transmission lines allows to realize inductive and also capaci-
tive impedance values. At the same time the interconnects of the integrated circuit
elements need to be regarded as transmission lines. This way the parasitics of the
interconnects are modeled.

In general, either microstrip transmission lines or coplanar lines could be used
for the integrated circuit design. When microstrip lines are used, the maximum
distance between the line and ground is 5.5 um and thus the according line width for
a 50 Q-line is only 9.7 um. This results in a resistance per length at low frequencies
of 0.76 O /mm. At 38.5 GHz this series resistances increases due to the skin-effect to
2.2 Q/mm. The dielectric losses of the SiO isolator are low compared to the resistive
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losses as tan § = 10~*. The attenuation factor of a 50 Q microstrip line is 1.7 dB/A
at 38.5GHz (with A = 4.6 mm). Similar results are shown for grounded coplanar
waveguides in [118].

When coplanar lines without ground on metal layer 1 would be used, the line
width could be increased while the characteristic impedance remains constant and
thus the resistive losses could be reduced. In this case the electromagnetic field would
penetrate the lossy Si substrate and thus dielectric losses would increase. The larger
structures would be more space consuming and difficult to arrange on the chip. In
this work the microstrip technology is preferred over coplanar technology due to the
higher flexibility and the lower space requirements on chip.



Chapter 5

Design and Verification of Realized
Oscillators

Within this work several millimeter wave push-push oscillators are realized [25-
30,46]. In the following, five different oscillators are presented. The oscillators in
section 5.1.3 and section 5.2.2 are not published up to now. At first in section 5.1.1 os-
cillators designed for automotive radar applications are demonstrated. Afterwards,
in section 5.2 oscillators with much higher output frequencies are discussed.

5.1 Oscillators for Automotive Radar Applications with
Output Frequencies below 100 GHz

For automotive radar applications signal sources at frequencies around 77 GHz are
required. Depending on the distance of the objects to be detected two independent
sensors are under development: The long range radar at 76.5 GHz and the short range
radar at 79 GHz. For the long range radar the bandwidth is 200 MHz, while for the
short range radar, where a higher resolution is necessary, the bandwidth is 4 GHz.
An oscillator that can be tuned from 76 GHz up to 81 GHz could be used for both
sensors. The specifications concerning output power and phase noise are still a not
fixed.

Since the fabrication process has been still under development during this work
updates of the process have been introduced by the manufacturer. Therefore, the
oscillation frequencies in the oscillators described in section 5.1.1 and in section 5.1.2
differ from the initially intended frequency.
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Figure 5.1: Load impedances connected to the transistor terminals for considering
the small signal oscillation condition

5.1.1 Spiral Inductor based 70 GHz Push-Push Oscillator

The circuit design of the 70 GHz push-push oscillator [26] presented here is based on
the active devices and the design considerations described in chapter 4. This section
starts with the small signal circuit design of one suboscillator, describes the nonlinear
circuit analysis of the complete push-push oscillator and discusses the circuit layout.
At the end of the section, the measurement results on this circuit are presented.

Circuit design

For the design of the suboscillator, first a set of impedances to be connected to the
active device for fulfilling the small signal oscillation condition needs to be found.
Therefore, the transistor is linearized around its bias point and arbitrary impedances
are connected as depicted in Figure 5.1. For a high Q-factor of the oscillator circuit,
the circuit elements connected should show low losses. In this scheme, no load re-
sistance appears because at the frequency of oscillation and for the intended mode
of operation, the suboscillator is loaded only by a virtual ground.

A ground can be connected to any node of the circuit. Its behavior depends only
on the impedances that appear between the transistor terminals. This circuit could
be considered either as common collector, common base or common emitter con-
figuration. Therefore, the designed circuits are not regarded as any of these basic
transistor configurations. From the schematic in Figure 5.1 it can be seen that one of
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the impedances can be shorted without loss of a degree of freedom, as it is in series to
the parallel connection of the other two. The degree of freedom in the circuit design
here is only two.

The most common topologies for integrated oscillators are the Colpitts and the
Hartley oscillators, which differ in the general type of feedback that is used. At mil-
limeter wave frequencies the parasitic capacitance of the transistor between collector
and base Ccp is large enough to achieve the feedback required in a Hartley oscilla-
tor. For this reason, the Hartley configuration is generally preferred in this frequency
band. By connecting the inductive impedances between the base terminal and the
emitter terminal and between the collector terminal and the emitter terminal, Ly
and Lc, respectively, the Hartley configuration is completed (Figure 5.2).

As discussed in section 4.2.2 the collector terminal is DC grounded. The induc-
tance Lc combines the DC connection to ground and the inductive behavior at RE
Thus, a network separating the RF signal from the DC path is not necessary at this
terminal. The base network and the emitter network will be coupled with the sec-
ond suboscillator. Thus, virtual grounds for the fundamental frequency appear at the
connection points as illustrated in Figure 5.3. As the grounds of the two suboscil-
lators are connected, at the collector network also a virtual ground exists, which is
identical with the ground of the complete circuit.

At the emitter terminal a series combination of the capacitor Cg and the inductor
Lg is connected. This does not comply with the standard Hartley oscillator config-
uration. This deviation, however, allows by choosing appropriate values for these
elements, an optimization of the Q-factor of the suboscillator.
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Figure 5.3: Equivalent circuit for the suboscillator at the fundamental frequency f,

The output of the push-push oscillator can be connected at any point of the sym-
metry line of the circuit. Conventionally the output is connected at the collector
terminal. Since this terminal is DC grounded, here the maximum amplitude is lim-
ited. At the emitter terminal, however, the voltage is not fixed, as the current source
is connected and thus higher voltage amplitudes can be reached. This is confirmed
by large signal analyses that reveal best results for the common output connected at
the emitter networks. Thus, this network is used for the oscillator output port and
the load impedance Ry, is connected here.

For analyzing the small signal oscillation condition the odd mode equivalent cir-
cuit of the push-push oscillator as shown in Figure 3.3i) is considered and thus the
load impedance is set to zero, i. e. Ry, = 0. The oscillation condition is fulfilled with
the parameters: Ly = 195pH, Lc = 40 pH, L = 31pH and Cy = 250 fF. The induc-
tors L¢ and Lg, for the collector and the emitter network, respectively, are realized by
integrated transmission lines. For the larger inductor in the base network Lg, how-
ever, the spiral inductor described in section 4.3.3 with a size of 40 um x 40 um is
used in order to achieve a high inductance per chip area. To increase the inductance
of the spiral (Lspiral = 122 pH) to the desired value a transmission line is connected
in series. A narrow line width of 5um, exhibiting a high characteristic impedance
and thus a high inductance per length, is chosen for this purpose.

Simulation results of the input impedance Zg of the suboscillator are plotted in
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Figure 5.4: Simulated input impedance Zg of the suboscillator

Figure 5.4. At the desired frequency of oscillation and within an adjacent broadband
frequency range the real part R{Zs } is negative. This allows tuning of the oscillator
within a certain frequency range. Due to R{Zs} > -2R; (with Ry = 50 Q) at any
frequency, even mode oscillations are not possible. Thus, the oscillation condition
for odd mode operation of the combined circuit as given in (3.7) is fulfilled. The
actual frequency of oscillation is given by the frequency, where the imaginary part
of the input impedance Zg is zero. This is achieved at the desired frequency f, =
375 GHz.

Two suboscillators are now combined to form the whole push-push oscillator,
which is schematically drawn in Figure 5.5. The collector terminal is grounded via a
transmission line resonator. The inductance Lg is formed by a 110 um transmission
line. For the RF-path the end of this line is connected with the capacitor Cg to the
common output port. For the bias decoupling, here, a combination of a transmission
line and a spiral inductor is used. At the inductor, a constant emitter bias current is
impressed by the current mirror. As the capacitance Ccg is a parasitic capacitance
of the transistor, it is not explicitly drawn in the schematic.

At the base terminals of the transistors, the series combinations of a transmis-
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Figure 5.5: Circuit diagram of the 70 GHz push-push oscillator
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sion line and the spiral inductor are connected. The DC supply at the base terminals
is accomplished by a resistive divider connected at the virtual ground at the sym-
metry line of the circuit. Low resistances are used here to provide a low resistance
connected to the base terminal in order to prevent the Kirk-effect in the transistor.
The capacitance Cg provides a short at the second harmonic frequency 2 f; and thus
prevents a damping of the oscillation at this frequency. Additionally it stabilizes the
bias voltage and prevents oscillations at low frequencies. For this purpose a large
capacitance Cg = 3.7 pF is used.

The harmonic balance simulation of the circuit in Figure 5.5 determines an oscil-
lation frequency f, = 38.5 GHz at a supply voltage Vp = —3V. The simulated output
power is 3.2dBm. Figure 5.6 shows the simulated time domain signals of the col-
lector currents I and the collector to emitter voltages Vcg. It can be seen that the
collector-emitter breakdown voltage BV o and also the optimum collector current
for the maximum frequency of oscillation I¢ . (see section 4.2) are both exceeded
within short time intervals. The collector current I reaches a maximum of 42 mA
although the DC collector current through one transistor is only 20 mA. Due to the
type of bias used in this circuit the transistor can recover from the Kirk-effect and
the increased impact ionization.

The layout of the push-push oscillator is designed with a maximum in symmetry.
A chip photograph of the fabricated circuit is depicted in Figure 5.7. The distance
between the two transistors is given by the length of the transmission lines in the
emitter networks. The lines in the base and in the collector networks are bent for sav-
ing chip area. For connecting the current sources at the emitter networks, a crossing
of either the line to the output or of the base network is necessary. In this design, the
base network is crossed.

To stabilize the supply voltage, large MIM-capacitors are integrated. The input
and output ports are realized by ground-signal-ground (GSG) pad configurations
that allow a biasing of the circuit by RF probes and an on-wafer characterization of
the oscillator circuit. In order to enable tuning of the collector to base voltage Vg
of the transistors an additional set of pads that is connected to the resistive divider,
is realized. The metal grid that can be seen in the photograph is used in order to
provide a ground plane on the layer metal 1. Holes are introduced in the ground
plane for fulfilling the design rules as described in section 4.3.1.
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Figure 5.6: Simulated time domain signals of the collector currents I and the col-
lector emitter voltages Vg in the two suboscillators
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Figure 5.7: Chip photograph of the realized 70 GHz push-push oscillator
(625 pm x 485 pum)

Experimental Results

The output signal of the push-push oscillator is measured on wafer by an HP 71000
spectrum analyzer using appropriate harmonic mixers. The measured power levels
are corrected for the conversation loss of the mixers. Losses of the RF-probe and the
measurement cables are taken into account with 1dB. The DC supply voltage V} is
connected by a GSG probe.

Figure 5.8 demonstrates the performance of the oscillator as a function of the sup-
ply voltage V,. At V; = -2V the output power reaches its maximum of 1.6 dBm. The
measured spectrum of the oscillator output signal for this voltage is depicted in Fig-
ure 5.9. In this case the total bias current is —48 mA and the power consumption
of the whole device is therefore 96 mW. This circuit has not been designed for a
minimum power consumption; the efficiency is only 1.5 %.
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Varying the bias voltage between —1.5V and —4.25V the oscillation frequency
changes form 72.23 GHz to 63.66 GHz, respectively. In this frequency range the sin-
gle side band phase noise level is less than —103 dBc/Hz at an offset frequency of
1 MHz. At a supply voltage of V) = —2.25V the phase noise level reaches a minimum
of —106 dBc/Hz.

A measured spectrum of the fundamental frequency f, is shown in Figure 5.10.
The low power level of this signal with —34 dBm indicates a high symmetry of the
fabricated push-push oscillator and a proper odd mode operation. When an ad-
ditional GSG probe is connected at the terminal Vg, the oscillation frequency gets
unstable. Therefore, a separate tuning of this voltage is not performed on this circuit.
Measurements of the temperature stability of this circuit are not available.
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5.1.2 Push-Push VCO for 82 GHz

The oscillator described in this section is based on the design in section 5.1.1. For
the control of the oscillation frequency, here a varactor is integrated and the spiral
inductors are replaced by transmission lines [27].

Circuit Design

The fabrication process used in this work, does not provide integrated varactor diodes
at the time when the circuits are realized. As a compromise, the collector-base junc-
tion of a transistor is employed as a voltage controllable capacitance. This capaci-
tance, however, can be varied only in a small range and shows higher losses than
varactor diodes that are optimized for this purpose. This results in a limited tun-
ing bandwidth of the oscillator, and special care needs to be taken in order not to
reduce the oscillator Q-factor significantly when the varactor is introduced. Figure
5.11 shows the tunability of the varactor and the corresponding Q-factor. At 40 GHz
the relative tuning range of the varactor is 68 % and the Q-factor varies between 6
and 7.

The small signal analysis of one suboscillator indicates that the highest tuning
sensitivity is reached, when the varactor element is connected in parallel to the base
inductance Lg. A large signal analysis confirms this fact and thus the varactors are
placed as close as possible to the base terminals of the transistors Q; and Q, as drawn
in Figure 5.12. The 60 pm long microstrip lines that connect the varactors with the
virtual ground increase the tuning range and improve the Q-factor of the oscillator.
The voltage Vy ¢ denotes the voltage at the collector-base junction of the varactor.
This voltage can be adjusted by the external tuning voltage V. By the 55um long
transmission line connecting the varactor network with the large capacitor that pro-
vides a RF short, the impedance at the second harmonic frequency 2f; is optimized.
The nonlinear simulation of the VCO shows a tuning range of 1.2 GHz.

In this circuit, the combination of spiral inductors with transmission lines at the
base terminals that is used in section 5.1.1is replaced by a 350 pm long microstrip line.
At the intended oscillation frequency f; = 38.5 GHz the corresponding equivalent
inductance of the network connected at the base terminal is 226 pH. The collector
terminals are again grounded via transmission line resonators and at the emitter
terminals 190 um long transmission lines are connected.
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Figure 5.11: Simulated tuning characteristics of the collector-base capacitance that is
used as a varactor
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Figure 5.12: Circuit diagram of the 82 GHz push-push VCO
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Here, via the capacitors the RF signal passes to the common output port. For the
bias decoupling 210 um long microstrip lines with a characteristic impedance Z =
68 Q providing an increased inductance per length, are used. At these transmission
lines, the current mirror circuit impresses constant emitter bias currents. The DC
supply voltage at the base terminal is accomplished by a resistive divider. By varying
the voltage V3 the collector to base voltage Vip is be tuned.

A chip photograph of the fabricated circuit is depicted in Figure 5.13. The DC
voltages can be applied by the GSG pad configurations. For the connection of the
current source to the emitter network in this design the output line of the push-push
oscillator is underpassed. This avoids line crossings in the core oscillator as in the
design shown in section 5.1.1. The current mirror circuit is located close to the output
pads.

Experimental Results

The output signal of this oscillator is measured on-chip by the same set up as de-
scribed in section 5.1.1. The measured power levels are again corrected for the con-
versation loss of the mixers. For this circuit additionally a W-band power meter is
used to verify the output power level. Losses of the RF-probe and the measurement
cables are taken into account with 1dB. To verify the measured single side band
phase noise level this circuit is also analyzed by delay line method with the phase
noise measurement system PN9000 from Aeroflex.

For the DC voltage supply the chip is mounted on a FR4 substrate. By a combina-
tion of electrolyte and ceramic capacitors, the supply voltages and the tuning voltage
are stabilized. The chip is connected to the substrate by wire bonding.

Figure 5.14 demonstrates the performance of the oscillator as a function of the
varactor voltage Vy that is adjusted by the tuning voltage V. The bias voltage Vj
is set to —3.0 V and the base tuning voltage Vg to —4.0 V. For this bias point the
collector to base voltages of the transistors Q; and Q, are calculated by Vg = 1.7V
and the collector to emitter voltage is 2.6 V. This means that the breakdown voltage
BV¢ro is exceeded by far. The DC-emitter current in each of these devices is 18 mA.

For a varactor voltage Vyc = 2.05V the output power reaches its maximum of
3.9dBm. The measured single side band phase noise level goes to its minimum of
-108 dBc/Hz at an offset frequency of 1 MHz at a varactor voltage Vyc =1.80 V. The
measured spectrum of the oscillator output signal for this varactor voltage is depicted
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Figure 5.13: Chip photograph of the 82 GHz push-push VCO (700 pm x 700 pm)
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in Figure 5.15. In this case the power consumption of the whole device is 280 mW,
which corresponds with an efficiency of # = 0.88 %. This circuit, however, has not
been optimized with respect to its efficiency.

Varying the varactor voltage between 0.1V and 2.1V the output frequency changes
form 80.6 GHz to 82.4 GHz, respectively. The relative tuning bandwidth thus is 2.2 %.
In this frequency range the oscillators output power is 3.5 + 0.4 dBm and the mea-
sured single side band phase noise level is less than —105dBc/Hz at an offset fre-
quency of 1 MHz.

The measured spectrum of the fundamental frequency fy is shown in Figure 5.16.
The low power level of this signal with —27.1dBm indicates a high symmetry of the
fabricated push-push oscillator and a proper odd mode operation. In the whole
tuning range of the VCO the measured fundamental frequency output power is
-26.5dBm.

For measuring the temperature sensitivity of the oscillator the chuck temperature
is modified. As can be seen in Figure 5.17 the temperature sensitivity of the VCO
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is —12.6 MHz/K. We propose that this low temperature sensitivity is a result of the
lower temperature dependency of the transistors at the halved oscillation frequency
compared to a fundamental frequency oscillator.
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5.1.3 Low Power Consumption Push-Push VCO for 77 GHz

This oscillator is a derivative of the oscillator in the previous chapter and has not
been published up to now. The center frequency of the VCO tuning range is set to
77 GHz, the tuning range is enlarged and the power consumption of the circuit is
reduced.

Circuit Design

The circuit diagram of this VCO is drawn in Figure 5.18. The resistors in the voltage
dividers for the varactor voltage and the collector to base voltage are significantly in-
creased compared to the previous design in order to reduce the power consumption
of the circuit. Large capacitors in parallel to these dividers obtain RF shorts for the
frequency of oscillation at these points.

At the terminal Vr a series resistance with 10 Q) is connected for damping possi-
ble oscillations on the external power supply network. At the terminal V3 a series
resistance with 5 Q) is used for this purpose. The emitter bias currents are impressed
by the current mirror using four branches for the current source, the current in the
reference path is only one quarter of sum of the emitter currents in Q; and Q,. Thus,
the power dissipation in the reference path is reduced.

The layout of the fabricated circuit is depicted in Figure 5.19. For a maximum sym-
metry of the circuit the current mirror is realized twice, while only one is connected.
The pads for the DC voltage supply are in a SGSGS configuration that allows either
connection with special DC probes or with bond wires.

Experimental Results

The output signal is measured on-chip by an HP 71000 spectrum analyzer using ap-
propriate harmonic mixer. The measured power levels are corrected for the conver-
sation loss of the mixers. A W-band power meter is used to verify the output power
level. Losses of the RF-probe and the measurement cables are taken into account
with 1dB. For the DC voltage supply the chip is mounted on a FR4 substrate. The
bias voltages are stabilized by a combination of electrolyte and ceramic capacitors.
Wire bonding is used to connect the chip with the substrate.

The characteristics of the VCO are shown in Figure 5.20 as a function of the var-
actor voltage Vy that is adjusted by the external tuning voltage V. The bias voltage
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Figure 5.18: Circuit diagram of the 77 GHz push-push oscillator
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Figure 5.19: Layout of the 77 GHz push-push oscillator (800 um x 620 pm)

Vo is set to —3.0 V and the base tuning voltage Vg to —2.0 V. Thus, the collector to
base voltages of the transistors Q; and Q; are Vg = 2.0V and the emitter currents
in each of these devices are 20 mA.

The oscillator output frequency can be tuned from 76.1 GHz to 81.1 GHz. The rel-
ative tuning bandwidth is therefore 6.4 %. In this frequency range the output power
is 4.0 £ 0.4dBm. The measured single sideband phase noise level at 1 MHz offset
frequency is less than —105 dBc/Hz. The measured spectrum of the oscillator output
signal for this varactor voltage is depicted in Figure 5.21.

The measured power of the fundamental frequency signal at f; is below —34 dBm
in the whole tuning range. Figure 5.22 shows the measured spectrum of the fun-
damental frequency signal for Vi = -2.0V. For Vp < —2.25V the fundamental
frequency signal power is measured below —47 dBm. For measuring the tempera-
ture sensitivity of the oscillator the chuck temperature is modified. The temperature
sensitivity of the VCO is -19.5 MHz/K.
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Table 5.1: DC to RF efliciency # of a similar push-push VCO [29] versus supply volt-
ages (-Vr=4V)

-V 1.8V 24V 3.0V 3.6V
-V 0.8V 1.4V 20V 22V
2fo 7616 GHz 76.21GHz 7612GHz 75.18GHz
Prr 1.5dBm 3.8dBm 3.9dBm 1.0dBm
Pssg @1 MHz  -107dBc —109dBc -110dBc  -108dBc
1= Prr/Poc 3.5% 2.7% 1.6 % 0.52%
The power consumption of the whole circuit at the bias point Vy = —3.0V and

Vg = 2.0V is 138 mW. Thus, the efficiency of RF signal generation is 1.8 %. On
a similar device that shows a 5 GHz lower output frequency [29], the efficiency is
investigated as a function of the bias voltages. By reducing the supply voltage Vo
and the base tuning voltage Vg simultaneously, the output power P of this oscillator
decreases but the DC to RF efficiency # increases. As given in Table 5.1 an efficiency
7 = 3.5% is achieved with Vj = -1.8'V. Similar behavior is also expected for the
77 GHz oscillator presented here.
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5.2 Oscillators for Frequencies above 100 GHz

In this chapter the design and the experimental verification of integrated oscillators
with output frequencies far above 100 GHz are described. The main intension here
is to demonstrate the feasibility of integrated signal sources at these frequencies. As
the used transistor model parameters are measured at much lower frequencies, un-
certainties of the used model are expected at the frequencies of interest. Therefore,
in order to keep the circuit simple, varactors are not used here. The oscillation fre-
quency of these oscillators can be tuned by varying the collector to base voltages
Vep of the transistors and thus controlling the feedback capacitance Ccp that is a
function of V3.

5.2.1 Push-Push Oscillator for 190 GHz

The oscillator presented in this section [46] is originally designed for an output fre-
quency of 200 GHz. The measurements, however, have proven a 5 % lower frequency
of oscillation. The output frequency of 200 GHz is chosen in order to facilitate mea-
surements with G-band (140 GHz to 220 GHz) equipment.

Circuit Design

The design of this push-push oscillator follows the principle of the oscillators in sec-
tion 5.1. The passive circuit elements are downscaled for fulfilling the oscillation
condition at the desired frequency of oscillation f, = 100 GHz. The values for the
lumped element equivalent circuit thus are: Lc = 25pH, Lg = 24 pH, Lg = 23pH
and Cg = 60 fF. The inductances are realized by integrated transmission lines. The
two suboscillators are coupled via the base and emitter networks and the output is
connected at the emitter network.

The circuit diagram of the whole oscillator including its bias network is drawn in
Figure 5.23. The collector terminals are grounded via transmission line resonators.
At the emitter terminals 50 um long transmission lines are connected for increas-
ing the circuits Q-factor. For the RF-paths, the ends of these lines are connected
via capacitors to the common output port. For the bias decoupling quarter-wave
transmission lines are used.
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Figure 5.23: Circuit diagram of the 190 GHz push-push oscillator



Design and Verification of Realized Oscillators 86

—o—1¢,

-w-lo,
<
£
\U

—o—Veg,

=% -Vep

Vep V]

0 5 10 15
t [ps]
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The DC supply is accomplished by a constant emitter bias current impressed by
a current mirror and a fixed DC voltage at the base terminal. The low impedance
connected at the base terminal and the impressed emitter current allow exceeding
the breakdown voltage BVcro = 1.7 V of the active devices used. An additional DC-
pad at the resistive voltage divider at the base terminal is added in order to allow
tuning by varying the collector to base voltage Vcg.

The large signal analysis of the oscillator results in an oscillation frequency f, =
100 GHz and an output power of —1.5dBm at f;. As the transistor model is based on
measurements only up to 40 GHz the calculated results can be considered only as a
rough approximation. Figure 5.24 shows the calculated time domain signals of the
collector currents I¢ and the collector-emitter voltages Vg of the transistors Q; and
Q; in the time domain. Compared with the signals in Figure 5.6, here the harmonic
content in the signal is considerably lower.

The chip photograph of the designed circuit is depicted in Figure 5.25.

Experimental Results

The output signal of the oscillator is characterized in an on-waver-measurement sys-
tem. To analyze the oscillation frequency an Agilent E4448A spectrum analyzer
with an Oleson G-band harmonic mixer is used. For phase noise measurements the
same mixer is used to downconvert the 190 GHz signal to an intermediate frequency
fir < 1GHz allowing the signal to be analyzed by delay line method with the phase
noise measurement system PN9000 from Aeroflex. The output power is determined
by a DPM-05 G-band power sensor from Elva-1. The measured power levels are
corrected for losses of the RF-probe and the connecting waveguides by 2dB. The
G-band measurements are made at the ‘Fraunhofer-Institut fiir Angewandte Fes-
tkorperphysik’ (IAF) in Freiburg, Germany. For the analysis at the fundamental fre-
quency a HP 71000 spectrum analyzer with a W-band harmonic mixer 11970W is
used.

Figure 5.26 demonstrates the performance of the oscillator as a function of the
tuning voltage V3 at a constant bias voltage Vo = —3.5V. With V5 = -3V the output
power reaches its maximum of —4.5dBm. In this bias point the total power con-
sumption of the device is 215 mW. This complies with an efficiency of 1.7 %.

Changing the tuning voltage Vg between -1V and -5V allows to vary the output
frequency from 183.3 GHz to 190.5 GHz, respectively. In this frequency range the
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fundamental frequency component in the output signal is measured below —19 dBm
and the single side band phase noise of the second harmonic frequency 2f, at an
offset frequency of 1 MHz is measured between —73 dBc/Hz and —70 dBc/Hz. Fig-
ure 5.27 shows a phase noise measurement for Vy = -3.5V and V5 = -3V.

Measurements with V3 = -5V prove that the breakdown voltage BVcgo = 1.7V
of the transistors can be exceeded due to the bias condition used. The calculated
collector to emitter voltage in this bias point is Vcg = 3.1V. The frequency stability
versus temperature is investigated by W-band spectrum measurements of the fun-
damental frequency. The temperature dependency of the frequency of the output
signal plotted in Figure 5.28 results from these measurements.



Design and Verification of Realized Oscillators 91

5.2.2 Push-Push Oscillator for 278 GHz

The oscillator described in this section is originally designed for an output frequency
of 300 GHz. Due to the uncertainties of the models at the oscillation frequency the
measured output frequency is reduced to 278 GHz. The circuit is designed for facil-
itating measurements with J-band equipment (220 GHz to 325 GHz). This band is
the highest frequency band, where harmonic mixers are available. The circuit has
not been published until now.

Circuit Design

For the design of the 278 GHz push-push oscillator the same circuit principle as in
section 5.2.1 is used. The transmission line lengths and the capacitances in the emit-
ter networks are scaled in order to fulfill the oscillation condition at f, = 150 GHz.
The circuit diagram of the oscillator is drawn in Figure 5.29. By the external tuning
voltage Vg the collector to base voltage Vg can be varied and thus the oscillation
frequency is tuned.

By the nonlinear simulation of the push-push oscillator the oscillation frequency
is calculated by fo = 150 GHz and the simulated output power is —4 dBm at f;. Due
to the low preciseness of the transistor model at the frequencies of interest, a certain
deviation in the measurement results must be expected for this circuit. The layout
of the total circuit is shown in Figure 5.30.

Experimental Results

The output signal of the oscillator is measured on-chip. For measurements in the J-
band two different harmonic mixers are commercially available. These are the mixer
MO3HWD of Oleson Microwave Labs that uses the 48th harmonic and shows a con-
version loss of 90 dB and the Tektronix mixer WM?782] that uses the 20th harmonic
and shows a conversion loss of 60 dB. Due to the lack of reference standard sources
in this frequency band the conversion loss data are only approximate and are not
calibration data.

At the ‘Fraunhofer-Institut fiir Angewandte Festkorperphysik’ (IAF) in Freiburg,
Germany, the Oleson mixer and appropriate probes facilitating on-waver character-
ization in the J-band are available for measurements. Due to the high conversion
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Figure 5.29: Circuit diagram of the 278 GHz push-push oscillator
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Figure 5.30: Layout of the 278 GHz push-push oscillator (630 pm x 490 um).

loss of the mixer, however, it has been not possible to detect a signal. The exact os-
cillation frequency is not known and thus the signal needs to be searched for within
a large bandwidth. For a high sensitivity of the spectrum analyzer, the noise level
at the input needs to be reduced. This is achieved by a low resolution bandwidth.
When measuring with low resolution bandwidths, however, the frequency step size
also needs to be reduced in order not to miss the oscillator signal in the spectrum.
Both, the low resolution bandwidth and the small frequency step size increase the
measurement time significantly. Within acceptable measurement times, the oscilla-
tor signal has not exceeded the noise level of the spectrum analyzer.

The output power of the circuit has been measured with the G-band power meter
of the IAE With V, = -3V and Vg = -1.2V a maximum power of —30.7 dBm is
displayed. The maximum frequency, however, for which the power meter can be
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Figure 5.31: Measured output frequency 2 fy of the 278 GHz oscillator as a function
of the tuning voltage V5 = - Vg

calibrated is 220 GHz. The reflections at the waveguide junction from J- to G-band
are not considered. Therefore, a significantly higher output power is expected.

The oscillator output signal has been analyzed in a second step at the ‘Lehrstuhl fir
Hochfrequenztechnik’ at the University of Erlangen, Germany, with the harmonic
mixer of Tektronix. For these measurements, however, only W-band probes with
rectangular waveguides for connecting the oscillator circuit have been available. The
construction of the probe station and the harmonic mixer do not allow to connect
the mixer directly to the waveguide port of the probe. Therefore, a waveguide bent is
connected in-between. The total length of the waveguide is thus 10 cm. The losses at
the waveguide junction in the W-band probe, in the waveguide and at the junction
of the W-band waveguide to the mixer are estimated by 10 dB. The harmonic mixer
is used with the Rohde & Schwarz spectrum analyzer FSEK 30.

Since the conversion loss of the Tektronix mixer is lower, with this measurement
setup the oscillator output signal has been detected. Figure 5.31 shows the tunability
of the output frequency, when the voltage V3 is varied. The minimum frequency is
276.8 GHz and the maximum is 279.5 GHz. While for the tuning of the oscillator
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Figure 5.32: Measured spectrum at the second harmonic frequency of the oscillator
signal for V; = =3.0V, V3 = —1.2'V. In this figure only the conversion
loss of the mixer is considered. Losses of the measurement setup are not
accounted for.



Design and Verification of Realized Oscillators 96

UNCAL Marker 1 [T1] RBHW 1 MHz #14 CVL 48.0dB
®Ile‘. Lvl -42.82 dBm VB 200 kHz
13 dBm 138.49057490 GHz SWT 15 ms Unit dBm
. . 00RO O R
Il | | | | | | | | |
| | | | | | | | |
i LALYONIUONRIDT IO BN ORI WO RUAH FRMNNRUIAUA 0 YOO OIRS AR JOAR FUODIUT DNRNFNAVEARAY TORRIIHNPRY R AR MRIIDT NI
| | | | | | | | |
| | | | | | | | |
| EHAPE RN RISA R UL RN M SYCURRILG TIRIAI L SUIUHLIRTY SN [ AL MO A
| | | | | | | | |
| | | | | | | | |
LR e R
| | | | | | | | |
| | | | | | | | |
<t e g ety e bl st ey dedbrded b e b
I | | | | | | | |
| | | | | | | | |
A — = o = = e — ¢ bmlmbed pdmimte ettt ot by
|
|

Center 138.4895729 GHz 100 MHz.- Span 1 GHz

Date: 03.NOV.2006 19:14:25

Figure 5.33: Measured spectrum at the fundamental frequency of the oscillator sig-
nal for Vj = -3.0V, Vg = -1.2V. In this figure only the conversion
loss of the mixer is considered. Losses of the measurement setup are not
accounted for.
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in section 5.2.1 the collector to base voltage Vg can be varied from —0.5V up to
—2.1V, this oscillator shows an output signal only in the range from -1.1V to -1.5V.
As the frequency of oscillation is closer to fr and fuay, this circuit shows a higher
sensitivity on the bias point used. Thus tuning by changing the collector to base
voltage is limited.

Under consideration of the conversion loss of the mixer (60 dB) and the losses due
to the waveguide mismatch (10 dB) the measured output power is between —25 dBm
and —20 dBm within the tuning range. The variation of the detected power could
be a result of the frequency dependency of the termination that is connected to the
oscillator circuit. Figure 5.32 shows a measured spectrum at the second harmonic
frequency 2 fo.

The fundamental frequency component is shown in Figure 5.33. This signal is
measured by the G-band Tektronix mixer WM782G that uses the 14th harmonic.
For this measurement, the W-band probe and the waveguide bent are used again for
connecting the oscillator with the harmonic mixer. The conversion loss of this mixer
is accounted by 48 dB and the waveguide loss is estimated by 4 dB. Considering these
losses, within the tuning range in Figure 5.31 the measured fundamental frequency
signal power is below —38 dBm.

Due to the low power at the output of the harmonic mixer a measurement of the
oscillator phase noise is not possible with the available measurement equipment. The
temperature sensitivity of this device has not been investigated until now. The power
consumption of the circuit is 132 mW.



Chapter 6

Conclusion

In this thesis methods for determining the steady state signals and the noise behav-
ior of oscillators are analyzed. Based on the steady state solution and the Jacobian
matrix, which result from the nonlinear analysis of the unperturbed circuit by har-
monic balance, the conversion analysis approach allows calculating the oscillator
phase noise level for the perturbed circuit. An existing frequency domain method
has been extended for the phase noise analysis at harmonic frequencies.

The push-push oscillator principle has been proven to be a suitable circuit topol-
ogy for low phase noise oscillators. An expression is given to estimate the gain in
phase noise that is achieved by push-push oscillators compared to fundamental fre-
quency oscillators. For the circuit design of push-push oscillators a procedure is
described.

The SiGe HBTs used show collector to emitter breakdown voltages BVcgo = 1.7 V.
In order to allow exceeding this voltage within short time intervals, the driving con-
ditions for the SiGe HBTs are analyzed with respect to the device physics at high
currents and high voltages. For the circuit design at millimeter wave frequencies
passive circuit components as spiral inductors and transmission lines are considered
by full-wave analysis.

Based on these considerations several oscillators have been designed. Exemplarily
five of these circuits are presented in this thesis. With the VCO at 77 GHz a tuning
range of 6.4 % is achieved, which is sufficient for the intended application in auto-
motive radar systems. The output power within the tuning range is 4.0 + 0.4 dBm
and the measured single sideband phase noise level at 1 MHz offset frequency is be-
low 105 dBc/Hz. The unwanted fundamental frequency component in the output
signal is suppressed by at least 38 dB. With a temperature sensitivity of the output
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frequency of —19.5 MHz/K this circuit is less temperature dependent than funda-
mental frequency oscillators at the same frequency using the same technology. The
DC to RF efficiency of this oscillator is 1.8 %. On a similar device it is shown that
by reducing the supply voltages the oscillator output power decreases to 1.5dBm but
the efficiency reaches up to 3.5 %.

The oscillators at 190 GHz and 278 GHz have proven that by SiGe HBT oscilla-
tors can obtain output signals in the upper millimeter wave frequency range. The
278 GHz oscillator is the highest frequency transistor based oscillator published un-
til now. The author expects that with the technology used, output frequencies above
300 GHz can be generated by the push-push oscillator principle.
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